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Abstract—In negative-feedback amplifier design, electro-
magnetic interference (EMI) behavior is usually completely
disregarded. EMI can, e.g., result in detection of low-frequency
envelope variations of the usually high-frequency interfering
signals. If the detected signals end up in the pass band of the
negative-feedback amplifier, they cannot be distinguished from
the intended signal any longer, so the signal-to-error ratio (SER)
is reduced. Several measures can be taken to prevent unaccept-
able reduction of the SER, like applying filters, chokes, etc. In
this paper, however, circuit design aspects are investigated. It is
assumed that interference reaches the amplifier input and that the
SER has to be assured by a proper design of the negative-feedback
amplifier. Since EMI is related to nonlinear distortion, it is a
function of the loop gain of the negative-feedback amplifier. For
a given electromagnetic (EM) environment it is therefore possible
to calculate the minimum loop gain required to reduce EMI to
acceptable levels without filtering. To illustrate this systematic
design method a transimpedance amplifier is designed and built
to properly function in interfering field strengths up to 30 V/m.
Experimental results are in good agreement with theory.

Index Terms—Envelope detection, electromagnetic interference
(EMI), negative-feedback amplifier, nonlinear distortion, signal-to-
error ratio (SER), susceptibility, transimpedance amplifier.

I. INTRODUCTION

D ESIGNING a negative-feedback amplifier usually starts
with determining the specifications of the amplifier to be

designed. Electromagnetic compatibility (EMC) is a require-
ment that is often disregarded in the design process. Yet, with the
current congestion of the electromagnetic (EM) spectrum due to
electronic systems that intentionally, or unintentionally, pollute
the EM environment, the interference burden for negative-feed-
back amplifiers increases. In order not to degrade the amplifier
performance due to electromagnetic interference (EMI), EMC
should be considered and incorporated in the design process.

Manuscript received July 08, 2008; revised November 06, 2008, March 12,
2009. First published June 10, 2009; current version published March 05, 2010.
This paper was recommended by Associate Editor A. J. Lopez Martin.

M. J. van der Horst is with the Department of Electrical Engineering,
Hogeschool van Amsterdam, Amsterdam 1000 BA, The Netherlands (e-mail:
m.j.van.der.horst@hva.nl).

A. C. Linnenbank is with the Heart Failure Research Center, Academic Med-
ical Center, University of Amsterdam, Amsterdam 1105 AZ, The Netherlands
(e-mail: a.c.linnenbank@amc.uva.nl).

W. A. Serdijn and J. R. Long are with the Electronics Research Labora-
tory/DIMES, Delft University of Technology, Delft 2628 CD, The Netherlands
(e-mail: w.a.serdijn@tudelft.nl; resp.j.r.long@tudelft.nl).

Digital Object Identifier 10.1109/TCSI.2009.2025003

In practical situations, the negative-feedback amplifier itself
seldomly is a severe source of interference, but its susceptibility
may be large. Therefore, this paper concentrates on reducing
the amplifier susceptibility to an acceptable level. Here, EMI
induced errors, by out-of-band interference, comparable to the
total white noise generated by the amplifier are considered to be
acceptable.

Usually, EMI is prevented by screening of wires, using
chokes and applying filters reducing the disturbing out-of-band
signal at the input of the amplifier. Here, as an additional, al-
ternative, measure, it is investigated how the negative-feedback
amplifier itself can be designed to have a low EMI susceptibility
to the unfiltered out-of-band disturbing signal at its input, by
using circuit design strategies only.

The effects of EMI on active devices like bipolar junction
transistors (BJT) or FETs are closely related to second-order
harmonic distortion, i.e., it is determined by the second-order
nonlinearity of the device [1]. Disturbance results in dc-shifts of
the bias currents and detection of the envelope of the disturbing
signal. Although slight shifts in biasing may be tolerated in some
cases, envelope detection may result in signals within the am-
plifier bandwidth that cannot be distinguished from the intended
signals. This adversely affects the fidelity of the intended signal
transfer, and thus the signal-to-error ratio (SER). The adverse
effect on the SER due to envelope detection is meant when the
term EMI is used in the remainder of this paper. Note that both
noise and EMI determine the total SER.

Methods to model and analyze distortion and EMI in BJTs,
FETs, negative-feedback amplifiers, and also some designs
of low EMI susceptible opamps have been published, e.g.,
[2]–[13]. A simple, systematic method to design an applica-
tion specific negative-feedback amplifier with specified SER,
output-, and bandwidth requirements has not been presented as
yet.

Since EMI is related to nonlinear distortion, it is a function
of the loop gain of the negative-feedback amplifier [11]. For a
given EM environment and active device, it is therefore possible
to calculate the minimum loop gain required to reduce EMI to
acceptable levels without filtering. This is demonstrated by sys-
tematically designing a transimpedance amplifier for a specific
EM environment. Section II presents the design specifications,
including the minimally allowed SER.

In order to ensure a particular SER, the amount of disturbance
the electromagnetic field generates has to be determined. There-
fore, a simple method for approximating the disturbance will be
presented in Section III.

1549-8328/$26.00 © 2010 IEEE

Authorized licensed use limited to: IEEE Editors in Chief. Downloaded on May 10,2010 at 09:05:40 UTC from IEEE Xplore.  Restrictions apply. 



VAN DER HORST et al.: SYSTEMATIC DESIGN OF A TIA WITH SPECIFIED ELECTROMAGNETIC OUT-OF-BAND INTERFERENCE BEHAVIOR 531

TABLE I
SPECIFICATIONS

Preliminary computations showed that the bandwidth spec-
ifications could not be met with a single BJT stage due to the
Miller effect. Cascode stages neutralize the adverse effect of
the base–collector or gate–drain capacitance and the Miller ef-
fect does not occur. A hybrid- model valid for both linear and
second-order nonlinearity analysis of a BJT–BJT cascode stage
is shown in Section IV. With the necessary changes, it can also
be used to model these effects in cascode stages consisting of
other combinations of active devices.

Section V demonstrates the design of a transimpedance am-
plifier that meets all specifications, with this BJT–BJT cascode
as active part. Susceptibility measurements on the realized tran-
simpedance amplifier are presented in Section VI, and are in
close agreement with theory. Section VII presents a short dis-
cussion. Finally, Section VIII presents the concluding remarks.

II. SPECIFICATIONS

The method to design a transimpedance amplifier with a spec-
ified SER in high field strengths is demonstrated by designing
such an amplifier for a given signal source and load. Table I sum-
marizes the specifications of the source, load, signal transfer,
and EM environment, respectively. All specifications chosen are
realistic and may occur in practice.

The envelope of the plane waves shows low-frequency
variations that are in the amplifiers’ pass band. The maximum
variation in the envelope corresponds to an amplitude modula-
tion with a modulation index of 1, as stated in Table I. Such an
EM environment may very well occur in practice. Industrial,
scientific, and medical equipment (ISM), e.g., used for heating,
diathermy, or electrosurgery, but also radio transmitters, may
radiate EM fields with high field strengths and low-frequency
envelope variations. In some ISM bands (13.5, 27.0, and
40.7 MHz), the amount of power that may be radiated is even
unrestricted in some countries [14]. EM-field strength levels
between 10 and 30 V/m can readily occur in the vicinity of
these radiating equipment. Therefore, equipment in an indus-
trial environment and life-supporting medical systems should
be immune to EM fields up to at least 10 V/m [14], [15].

The consequences of a too large susceptibility in a harsh EM
environment, i.e., a too low SER, of the negative-feedback am-
plifier (as part of a lager system) may vary from life-threatening
situations in medical environments [16], [17] and in aviation,
to inconvenience when telephones can be used to listen to AM
radio broadcasts [1]. Maintaining a high enough SER in high
EM-field strength levels is thus important, especially in possible

life-threatening situations. Here, a minimal SER equal to 70 dB
is expected to prevent these detrimental effects.

The relatively low upper frequency of 100 MHz to design for,
has been specifically chosen. This relieves the measurement dif-
ficulties that can be expected at higher frequencies where board
lay-out properties do play a significant role. The method pre-
sented in this work is, nonetheless, also applicable to much
higher frequencies in the GHz range such as used by cellular
phones.

We will assume that both the negative-feedback amplifier and
the load are shielded from interfering fields, but the interconnect
between source and amplifier will not be shielded. To ease the
calculation of EM coupling, the interconnect is assumed to con-
sist of two wires that have a fixed distance to each other, com-
parable with two wires of ribbon cable, and that EM interaction
with the shield does not occur. We will use a so called two-wire
line [18] with a length of 0.1 m, a distance between the wires of
1.27 mm, an inductance of 92.7 nH, and a measured capacitance
of 2.36 pF.

The intended signal is smallest at the input of the amplifier,
this is thus the place where noise and EMI have the largest detri-
mental effect. Both noise and EMI effects are therefore trans-
ferred to an equivalent source at the input of the amplifier.

If it is assumed that the equivalent noise power and equivalent
EMI power are uncorrelated, the SER is simply the ratio of the
signal power and the sum of both.

III. DETERMINING THE DISTURBING CURRENT

Using transmission line equations and by integrating the total
field along the two-wire, voltages and currents at the termi-
nals of the wire can be determined accurately [19]. These volt-
ages and currents can also be determined for other types of
interconnects, e.g., microstrip lines, with this generally valid
method. For the specified frequency range, the two-wire is elec-
trically short. Its electrical behavior may be described by means
of lumped-circuit models instead of using the transmission line
equations, while the induced voltage and current can be mod-
eled by a current source in parallel with the admittances and a
voltage source in series with the impedances respectively, e.g.,
[18].

The magnitude of the disturbing current at the input of current
processing amplifiers, can easily be determined by assuming the
input impedance of the amplifier, , to be zero.

The practical transimpedance amplifier will not have a zero
input impedance. To simplify the design process, an ideal ampli-
fier can be considered nevertheless. Deviations in the calculated
disturbing signal, due to deviations of from the ideal value,
presented to the input of the amplifier can be evaluated later. If
the practical transimpedance amplifier is designed properly, the
constraint for the source impedance still holds. The
deviations between the “ideal” and “practical” values of the dis-
turbing signal are thus expected to be small.

Under the specified conditions, the disturbing current at the
input of the transimpedance amplifier can now be approximated
by [18], where is the angular fre-
quency, is the capacitance of the two-wire, the distance
between the conductors, is the electric field strength, is the
angle between the E-field and the two-wire, and .
When the orientation of the E-field is perpendicular to the two-
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Fig. 1. Total disturbing current at the input of the transimpedance amplifier
as a function of frequency calculated with a lumped-circuit model (solid line)
and as predicted by transmission line theory (dashed line). At a frequency of
about 240 MHz, the lumped-circuit model becomes less accurate because the
two-wire is not electrically short anymore. Resonance and antiresonance points
can be identified in the transmission line model based � calculation that
do not occur in the simple model. The lumped-circuit model completely looses
validity at approximately 1 GHz.

wire is maximal. Note that for frequencies
higher than 100 MHz, the contributions of the magnetic field
component and inductance have to be taken into account as
well.

In EMC engineering, it is customary to assume the worst case
scenario, i.e., maximal field coupling. This also makes sense
from a design point of view; therefore, in this paper, maximal

is assumed .
To demonstrate the validity of the lumped-circuit model

for the specified maximum frequency of the interfering plane
waves, Fig. 1 shows both the graph of determined by
the lumped-circuit model, including the magnetic field com-
ponent, [18] and determined by the transmission line method
[19]. Both graphs are in good agreement up to the frequency at
which the lumped-circuit model becomes less accurate (
MHz) because the two-wire is not electrically short anymore.
When designing for low EMI for frequencies higher than ap-
proximately 1 GHz the transmission line method to determine

should be used.

IV. MODIFIED CASCODE MODEL

A cascode stage consists of a cascade of two transistors, a
common-emitter (CE) and a common-base (CB) stage, where
the CB stage is used to ensure a unilateral behavior of the CE
stage.

The CB stage is a single-stage current amplifier with a current
gain very close to one. Using the method presented in [11] it
can be concluded that the envelope detection of the CB stage is
negligible compared to that of the CE stage, even at frequencies
higher than transit frequency, , of the CB stage, as long as the
loop gain around the CB stage is large. This large loop gain is
usually easily obtained by assuring that

, and , where , and have
their usual meaning as used in the hybrid- model and is the
impedance that loads the output of the CB stage. The (linear)

Fig. 2. Modified hybrid-� model of the BJT–BJT cascode, valid when � �

� � � � � � � �� � � , and valid for linear and second-
order nonlinear transfer analysis.

transconductance is denoted by and will be discussed in
more detail later.

The hybrid- model capable of describing both linear and
second-order nonlinear behavior of the cascode is shown in
Fig. 2. The cascode shows an input impedance formed by base
resistance , base–emitter resistance , and base–emitter
capacitance of the CE stage. In parallel with there
is a capacitance (Miller
approximation). is the input admittance of the CB
stage and equals . For frequencies lower
than the pole in , which is approximately equal to

and for frequencies
higher than this pole its value reduces to . The
output is formed by a resistance, , approximately equal to

, shunted by a capacitance equal to .
At the input, a voltage controlled current source of value

represents the second-order nonlinearity of the base
current due to the nonlinear input conductance. Finally, at the
output there is also a voltage controlled current source of value

that represents the linear and second-order
nonlinear term of the collector current due to the exponential
input voltage to output current relation of the BJT. ,
and can be determined by a Taylor expansion in the BJT
operating point [2], [6], [7], [11].

The expressions for and are thus given by

in amperes per volt (1)

in amperes per volt squared (2)

where is the bias current, is Boltzmann’s constant, is
the absolute temperature in Kelvin, is the electron charge, and

is the forward emission coefficient, usually close to 1.
In the so-called midcurrent region the current gain is vir-

tually constant, because secondary nonlinear effects due to both
low (recombination in the base–emitter depletion layer) and
high bias current (nonnegligible injection of minority carriers
in the base) operation are negligible [20], [21]. The distortion
behavior of the BJT is minimal in this case.

A Taylor expansion of the nonlinear relation of the base cur-
rent and the base–emitter voltage in the midcurrent region re-
sults in

in amperes per volt square (3)
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After some straightforward mathematical manipulation of the
Gummel–Poon equations [20], the lower and upper boundaries
of the midcurrent region can be determined from

(4)

(5)

where is the saturation current, is the base–emitter leakage
coefficient, is the forward current amplification factor, is
base–emitter leakage current, and is the forward current
value where the current gain drops to half its value [20]. Coeffi-
cient presents a boundary value for the maximal contribution
of the base–emitter leakage current to the base current, while
coefficient presents the maximal contribution of to the
collector current. Values of and usually result
in negligible secondary nonlinear effects and therefore seem to
be reasonable. The results of (4) and (5) can be used to easily
obtain the boundary values of .

Truncating a Taylor expansion after the second term intro-
duces inaccuracy. However, for values of signal voltage up
to 10 mV the inaccuracy of the resulting signal current is
smaller than 1% [11]. depends on and is therefore also
nonlinear. The resulting nonlinear current is, however, pro-
portional to . represents the second-order non-
linear value of and is the low-frequency variation of the
envelope. Current is often negligibly small compared to the
currents at due to , respectively, . may therefore be
regarded as being constant. is a constant because its value
is determined by a junction capacitance which is only slightly
dependent on . The junction capacitance may have
considerable signal voltage across it, modulating its capacitance
value. It is, however, usually loaded by the input impedance of a
subsequent stage or load, that is much smaller than ,
making its (nonlinear) effect negligible.

In properly designed negative-feedback amplifiers will be
most probably below 10 mV. Therefore, the modified hybrid-
model of Fig. 2 can be used to analyze linear and second-order
nonlinear, EMI, behavior.

The combined action of the voltage controlled current sources
tend to reduce the second-order nonlinear behavior. This lin-
earizing action is especially effective when signal source resis-
tance is much larger than [3], see Section V, (13).

V. DESIGN METHOD

The design of an application-specific negative-feedback am-
plifier can be divided in several orthogonal steps [22]. From the
source and load specifications the required transfer and feed-
back configuration is determined first. Second, the noise proper-
ties are investigated, which result in optimal bias requirements.
Third, the output requirements to the load are determined. As
fourth step, the required loop gain and are determined to
meet the EMI specification. The fifth step is estimating the band-
width and applying frequency compensation to achieve a Butter-
worth (maximally flat) characteristic. Finally, as sixth step the
biasing arrangement is designed.

From the source and load specifications (see Table I), it fol-
lows that the transimpedance should have a 100 k value to
realize 1 V across the load for a source current of 10 A. This
transimpedance can, e.g., be implemented by a negative-feed-
back amplifier with a feedback resistor of 100 k .

Since noise will always be generated, thus also when there is
no interference, it will determine the maximal obtainable SER
and is therefore considered before EMI. The maximal allowable
EMI now follows from the required SER and the noise behavior.
Noise and EMI are extensively dealt with in the next sections.

For elaborate treatment of the other steps we refer to [22].
They are only briefly discussed here.

A. Noise

Under the assumption that the signal source generates noise
equivalent to the thermal noise of the real part of its admittance,
for the transimpedance amplifier with a bipolar input stage the
equivalent input noise power is given by

(6)

In this equation, is the upper frequency of the bandwidth.
Because of the required large bandwidth of 1 MHz the influence
of the lower frequency corner of the bandwidth and the influence
of flicker noise can be neglected, since for modern BJTs the
frequency at which the flicker noise equals the white noise is
usually a few Hz [22]. Further, is the source resistance,
is formed by the source capacitance , and the capacitance of
the two-wire , in parallel. is the feedback resistor, is the
base resistance, and is the dc current gain of the transistor.

For low noise power, it immediately follows from (6) that a
BJT should be used having a high value of and, preferably,
a low value of . Also, (6) is valid under the assumption that
current noise contribution of the BJT is dominated by the base
current. This is allowed when and
[22], being the transit frequency; conditions that usually can
be met easily.

B. Calculation of the Required Transconductance

When we design for equal contributions of both noise power
and EMI power to the SER, the most optimal design regarding
the SER results. After all, when a lot design effort is put in low
noise design while EMI dominates the SER, this effort is wasted.
Similarly, design effort and power is wasted when EMI is de-
signed to be much lower than the noise. Therefore, EMI should
have at most the same order of magnitude as the noise. From this
maximum EMI power, the minimal required transconductance
of the active part is determined.

The disturbing current generated by the nonconstant enve-
lope interfering EM field, shows the same amplitude variations
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Fig. 3. Hybrid-� signal diagram of the transimpedance amplifier.

as the EM field. Like noise, the resulting envelope detection
(EMI) caused by the disturbing current can be represented by
one equivalent current source at the input of the negative-feed-
back amplifier. This source is given by [11]:

(7)

The angular frequency of the disturbing current is .
is the transfer from the disturbing current to the input of
the BJT, i.e., the transfer from to . is the
low-frequency term of the transfer from signal source to

and is the modulation depth. For a transimpedance
amplifier also determines the transfer from source
to , when . is the second-order
nonlinearity term, which is a measure for the second-order
nonlinear behavior of the negative-feedback amplifier. Here,

.
Fig. 3 depicts the hybrid- diagram of the transimpedance

amplifier. Although the exact values of the circuit elements of
the cascode are not yet known, using Table I some conclusions
can be drawn: load capacitance will most probably be much
larger than and . There will be two poles
determining the bandwidth, with pole affected by and
located at a lower frequency than pole affected by the input
capacitance formed by , and shunted by

and . Expressions for the poles will be given later.
Transfer will have a zero located at approximately

the same frequency as , and therefore, shows a single pole
transfer [11]. The loop gain often shows two dominant poles
in case of application specific amplifiers. is given by the
ratio of and the loop gain and, when , it will
increase with increasing frequency up to some maximum value
at after which it will decrease again [11], as Fig. 4 shows.
As a result, will show the same behavior.

Fig. 4 shows the transfer , current and
the resulting equivalent envelope detection source
in one figure. It shows how the slopes of depend
on and the slopes of . Between and

increases with a slope of 80 dB/dec and it sta-
bilizes at a constant value for frequencies higher than .
Further, will occur near the upper corner frequency of the
bandwidth given by the square root of the loop gain poles
product (LP). LP equals and is the loop
gain. Note that the flat region of is due to out-of-band
disturbance and thus the region of interest.

Fig. 4. Transfers ��� (solid line), �� � (dotted line), and �� � (dashed
line) as a function of frequency. The maximum frequency used in this figure is
in the “differentiating” region of � . Note that the flat region of �� � is
due to out-of-band disturbance and thus the region of interest.

Transfer is given by [11]

(8)

where is the zero-frequency value of the load that
current source experiences. Further, there is a term

that increases the damping factor , given
by , with being
a phantom zero introduced by the designer to manipulate the
poles into the desired positions for the required frequency re-
sponse of the source to load transfer, the transimpedance in this
case. is chosen to obtain a Butterworth transfer.
For values of smaller than overshoot will occur
at the upper edge of the bandwidth in both the source to load
transfer and . Proper frequency compensation thus reduces
EMI susceptibility near the upper edge of the bandwidth.

The maximum value of occurs at a frequency approxi-
mately equal to the upper limit of the bandwidth, . Using this
approximation and (8) (disregarding the phantom zero term for
the time being), the maximum value is derived to be

(9)

Still, and are unknown. To come to an equation that
can be solved, Fig. 3 has to be considered.
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Output resistance can be expected to have a value much
greater than and can therefore be neglected. For now, it is
assumed that can be neglected because it is much smaller
than . When this is not the case, its effect can be evaluated in
a later stadium. Feedback factor is determined from Fig. 3
and . With it follows for the loop
gain

(10)

Also, from Fig. 3 follows directly for

(11)

Equation (8) shows that when .
It is now possible to simplify this expression to a form where,
apart from , no hybrid- parameters appear.

(12)

Envelope variations usually occur at a low frequency. As an
approximation, in (7) can be used. For can now be
derived to hold

(13)

and . Note that may become small
when the BJT is current driven, i.e., , and reaches
a maximal value of under voltage drive condition:

.
Combining the expression for , with the phantom zero dis-

regarded, (7), (9), (12), and (13) and solving for results in

(14)

The required transconductance can be calculated from this equa-
tion if one uses the desired bandwidth as the value for and a
first-order approximation for and . This first-order approx-
imation for follows from Fig. 3 by neglecting the influence of

, which is allowed because the shunt is in series with
the large-valued resistor , and is

. Under the condition that and are much larger
than and is larger than . Pole thus
follows from the transistor properties. As a first-order approxi-
mation of , the maximal forward current gain , as specified
in Spice models, can be used.

C. Design of the BJT Transimpedance Amplifier

To quickly realize a prototype transimpedance amplifier, it
was chosen to design and build it using discrete BJTs. From
the large amount of BJTs that satisfy the design constraints, the
BC548B, an npn transistor, was chosen.

1) Noise Calculation: From the noise equation derived ear-
lier (6), the optimal bias current for the transistor is determined

TABLE II
HYBRID-� PARAMETERS, � � ��� mA, � � � V

to be approximately 10 A for the BC548B. The noise contri-
bution of the BJT is virtually negligible compared to the noise
contribution of and . The resulting equivalent noise power
is . The resulting SNR is 84.5 dB, which
is the maximal obtainable SER.

2) Output Capability: In order to deliver a signal of 1 V
peak to the load, a current of 637 A is required. When this
current has to be delivered to the load, one has to make sure that
enough current keeps flowing through the output stage to avoid
unacceptable decrease in transit frequency . Biasing the output
stage at approximately 1.5 times the current to be delivered is a
good strategy [22], resulting in a minimal bias current of 1 mA.

3) EMI: To be on the safe side, to compensate for component
spread and uncertainties in the exact value of , the SER
to design for can be taken 73 dB, so there is a margin of 3 dB.
With a dB the total equivalent input error power
equals A . If it is assumed that both
components equally contribute to the “error power”, a value for

of 1.58 nA is obtained.
It follows from that at the allowed

maximal value of is 567 nA. However, to be on the safe
side again, a bandwidth of 1.1 MHz is designed for. Using (14)
with the corresponding of 621 nA, it is now found that

should have a value of 48.5 mA/V, which corresponds to an
of 1.3 mA, to satisfy the EMI demands. This value of is

located in the midcurrent region. A of 294 and an of 628
M rad/s followed for the BC548B.

4) Discussion: The determined from the above EMI con-
siderations is only a little higher than required for the output
capability. The power consumption thus does not excessively
increase. There is, however, a large discrepancy between the
values of for minimal noise performance and required for
EMI performance.

Biasing the cascode at a current of 1.3 mA instead of 10 A
changes the noise behavior of the BJT. The contribution of the
BJT to the equivalent noise power increases and will now be
of the same order of magnitude as the noise from and ,
which is still acceptable. The equivalent noise current power is

, resulting in a SER of 73.5 dB.
5) SER Analysis and Amplifier Implementation: Biasing the

BJT cascode at a collector current of 1.3 mA and a col-
lector–emitter voltage of 2 V results in the values of the modi-
fied hybrid- parameters tabulated in Table II. They were deter-
mined using Pspice to determine the linear values and (2) and (3)
to determine the second-order values of the modified hybrid-
model. The simulated value of is slightly larger than the
value obtained with (1). This is because the calculated of
1.3 mA is a rounded up value.
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Fig. 5. Schematic of the transimpedance amplifier.

The loop gain is equal to , which results in an accuracy
of the transimpedance of 99.6 dB ; just 0.4 dB less than
in the ideal case. Poles and can be found at

rad/s, respectively, rad/s. The bandwidth ,
as predicted by the LP, is rad/s (1.29 MHz) and

. Note that the bandwidth specifications can not be
met with a noncascode single stage. Due to the Miller effect the
bandwidth is in this case limited to approximately 460 kHz.

reaches a high value at approximately due to the low
value of . The minimal SER to be expected near amounts
70 dB, which is just within specifications. After frequency com-
pensation to obtain a Butterworth characteristic, however, no
overshoot will occur and therefore will decrease, resulting
in a larger SER.

For a Butterworth characteristic a phantom zero [22] was in-
troduced by shunting with a capacitance of 1.18 pF.
Now, we have: and rad/s, which
is indeed very close to rad/s.

is determined to be 1211 . This results in a corre-
sponding value of pA at . For frequencies just
above , the slope of (see Fig. 4) has not reached
dB/dec yet. This slope is reached after approximately an octave.
In the frequency band decreases about 3 dB
and increases 6 dB, resulting in an increase of 6 dB in

. As a result, pA for frequencies larger than
. The SER to be expected thus equals 76.1 dB.

The required SER is easily reached after frequency compen-
sation. The designer could consider to reduce the a little
in order to reduce power consumption. As a consequence
will increase and will decrease, but the required SER can
still be reached. A trade-off between power consumption and
SER is thus possible. We will not elaborate on this here.

Fig. 5 shows the final schematic of the designed tran-
simpedance amplifier. A current source realized with a
BC556A pnp BJT biases the cascode at a collector current

of 1.3 mA. The resistors required for establishing the desired
base–emitter and collector–emitter voltages are chosen such
that LP of the transimpedance is virtually not reduced. Spice
simulations show a transimpedance of 99.6 dB , a bandwidth
of 1.29 MHz ( rad/s) and an of 1.55 nA. These
figures are very close to the calculated values.

The effects of the nonzero input impedance of the tran-
simpedance amplifier on can now be evaluated. As
stated before, the effect is expected to be minor; the inaccuracy
of the amplifier transfer function is just 0.4 dB . Such a
low value of the inaccuracy implies an input impedance much
smaller than the impedance formed by and the two-wire.

Using the accurate transmission line equations, the effect of
the nonzero input impedance has been evaluated. It was found
that over the frequency range of interest the accuracy of the ap-
proximated value of is within 90%, which is acceptable.

VI. MEASUREMENTS

The transimpedance amplifier as depicted in Fig. 5 has
been built and tested. The transimpedance was measured to
be 99.6 dB and the bandwidth 1.1 MHz. Compensation
is realized by a of 1 pF. It should be noted that due to
component spread in and the parasitic capacitance of ,
the actual total compensation capacitance was approximately
1.6 pF. This was accounted for in the calculation of in
Fig. 6.

Generating an EM plane wave of 30 V/m and to make also
sure that just this plane wave is picked up by the transimpedance
amplifier, may be a tedious task. As shown in Section III, the dis-
turbance current is dominated by a capacitance and the electric
field component. Therefore, it was chosen to capacitively couple
the disturbing signal to the amplifier. Besides, simulating field
to wire coupling by coupling an equivalent signal via a conduc-
tance to the amplifier, is a valid and generally used method for
frequencies at which transmission line effects are minimal [23].
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Fig. 6. Amplitude of the equivalent envelope detection source at the input of
the amplifier as a function of frequency. The line is calculated. The crosses are
actual measurements. The amplifier is frequency compensated to obtain a But-
terworth characteristic. Note that the out-of-band measurements of interest are
located above 1 MHz. The in-band detection components are only shown for
completeness.

The electric field component has been replaced by a voltage
from a signal generator and the capacitance by a coupling ca-
pacitor equal to the capacitance of the, removed, two-wire. The
voltage was chosen such that at 1 MHz amounted to the re-
quired 567 nA. Due to the differentiating character of the cou-
pling capacitance will increase with increasing frequency.

The measured and calculated values of are shown in
Fig. 6. The measured values are in close agreement with the
calculations and, as expected, no overshoot appears both in cal-
culation and in measurement. Note that the out-of-band mea-
surements of interest are located above 1 MHz. The in-band de-
tection components are only shown for completeness.

The calculated equivalent current flattens out at a max-
imum value of approximately 428 pA. This is close to the ap-
proximated value of 450 pA.

VII. DISCUSSION

This amplifier was designed to meet a certain SER specifica-
tion for interfering fields up to 100 MHz. That does not imply
that there are no other design solutions and not even that this is
the best one possible. It can, e.g., be expected that both noise
and EMI requirements can be met by a (CMOS) FET imple-
mentation of the amplifier also. Probably, however, a more com-
plicated, multistage solution will be required to meet the band-
width specification due to the often too low LP of a single stage
FET (cascode) implementation.

Here, we have chosen to demonstrate that with enough loop
gain severe EMI requirements can be met with a BJT cascode,
that is stronger nonlinear than a FET (cascode).

Extending the specification for the interference from 100
MHz to 1 GHz or higher, two extra effects have to be taken into
account in the design process. First, transmission line theory
shows resonances in at frequencies higher than 1 GHz.
Second, and (in series with ) will
introduce a nondominant pole in at approximately 1.4
GHz. Its effect on the disturbance is that of a first-order low-pass
filter. High-frequency maxima will thus be attenuated, leaving
the maximum at ca. 340 MHz as the EMI determining value
of . A new, higher value, of , and hence, , will

be needed. It could be that now our simple cascode amplifier
can not meet the specifications and a different implementation
is required.

VIII. CONCLUSION

In this paper, a systematic method to design a transimpedance
amplifier with specified EMI behavior has been presented. It
makes use of a simple method to approximate the amount of
disturbing signal at the input of a negative-feedback amplifier
due to an interfering EM plane wave, and also of a modified hy-
brid- model that can be used for calculation of both linear and
second-order transfers of a bipolar junction transistor cascode.

Using the design method, the required transconductance to
reach the specifications can be calculated, from which the bi-
asing of the cascode follows.

The transimpedance amplifier has been designed to have a
transimpedance of 100 k , a bandwidth of 1 MHz, and a min-
imal signal-to-error ratio of 70 dB, resulting from both noise and
interference, while being subjected to a plane wave of 30 V/m.

The transimpedance amplifier has been built. Measurements
are in good agreement with calculations and simulations, and
thus, support the method presented in this paper.
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